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Abstract—A software-defined radio (SDR) receiver with base-
band programmable RF bandpass filter (BPF) and complex
impedance match is presented. The passive mixer-first archi-
tecture used here allows the impedance characteristics of the
receiver’s baseband circuits to be translated to the RF port of the
receiver. Tuning the resistance at the baseband port allows for a
real impedance match to the antenna. The addition of “complex
feedback” between � and� paths allows for matching to the imag-
inary component of the antenna impedance. By implementing
both real and imaginary components with resistors in feedback
around low noise baseband amplifiers, noise figure is also kept low.
Tunable sampling capacitors on the baseband side of the passive
mixer translate to tunable-� filters on the RF port which allow
for very good out-of-band linearity. Furthermore, the concept
of in-band and out-of-band must be redefined as the impedance
match and BPF center frequency move with the LO frequency,
such that matching and filtering track the receive frequency. Ad-
ditionally, 8-phase mixing is shown to provide significant benefits
such as impedance matching range, rejection of blockers at LO
harmonics, and lower noise figure (NF). Measurements from the
receiver implemented in 65 nm CMOS show 70 dB of gain, NF as
low as 3 dB, and 25 dBm out-of-band IIP3. Furthermore, tunable
impedance matching shows that �� 30 dB can be achieved at
any receive frequency from 0.1–1.3 GHz.

Index Terms—Blocker, blocker filtering, CMOS, harmonic
mixing, harmonic rejection, impedance matching, linearity, mixer,
multi-phase, multi-phase clock, out-of-band interference, passive
mixer, receiver, SAW-less, software-defined radio (SDR), switching
receiver, wideband receiver.

I. INTRODUCTION

A software-defined radio (SDR) ideally allows all of the
parameters of a radio to be programmed dynamically.

In recent years, innovations in both circuit architectures and
process technologies have enabled great programmability in
bandwidth [1], oscillation frequency [2]–[4], gain, and mod-
ulation type. However, the antenna interface of receivers, i.e.,
the RF LNA, matching network and RF band-pass filter (often
a SAW filter), remain very hard to tune [5]–[7].

Ideally, the antenna interface of an RF receiver should per-
form three functions: 1) match the impedance of the antenna
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so as to extract the maximum possible wanted (in-band) signal
power from the antenna and prevent reflections, 2) amplify
the wanted signal with low noise, and 3) reject unwanted
(out-of-band) interferers. However, in the current literature,
achieving these goals over wide RF tuning range has proven
challenging [3], [4]. The structures currently used to achieve
both good impedance matching and low susceptibility to
blockers require resonant structures that are inherently highly
frequency dependent.

Current solutions for receivers capable of capturing several
widely spaced bands either involve multiple, parallel, narrow-
band front-ends, used one at a time [8]–[11], or wideband re-
ceivers with only moderate rejection of interference (out-of-
band IIP3 of 0 dBm) at many bands [3], [4], [12]. The former
solution comes at significant cost in area both on chip and off,
and the latter simply cannot achieve the necessary performance
for many applications (cellular, etc.). The current state of the art
does not allow for a high performance, high tuning range SDR.

The architecture of high performance (and therefore) narrow-
band direct conversion receivers includes (in order of the input
signal path) an off-chip RF-band filter, a matching network,
LNA, mixer, and baseband circuitry [9], [13]. The components
which are difficult to tune across frequency are the ones which
see the RF signal, coming before the mixer in the signal path.
The RF-band filter rejects out-of-band blockers, and is typically
implemented with high- off-chip components such as SAW
filters. The matching network, typically implemented with a res-
onant LC network, transfers as much power as possible to the
LNA. The LNA absorbs the RF power and provides amplifica-
tion of the signal with as little noise as possible. Indeed, a good
definition of an LNA is an amplifier that provides an impedance
match with less than 3 dB noise figure (something a simple re-
sistive matching network cannot achieve). Widely tunable re-
ceivers reported so far remove the RF-band filter entirely and
substitute a wideband but lower performance and higher power
matched LNA [3], [4].

In principle, a homodyne (direct conversion) receiver does
not require any RF components but a mixer and local oscillator
in order to function, and indeed early receivers included only
these components [14]. This simple approach has recently gar-
nered more attention, as recent work suggests that connecting
the antenna directly to a CMOS passive mixer without an RF
LNA can provide significant benefits, such as extremely low
power [15] or greatly increased tuning range and linearity [2],
[16]. Interest has been renewed in passive mixers in LNA-first
applications as well, because of their high linearity [17]–[19].
The receiver we present here begins with the passive mixer-first
approach, eliminating the traditional RF filter, RF matching net-
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Fig. 1. (a) Model of 4-phase passive mixer with sampling capacitor � and load resistor � . (b) Equivalent model, with LO driving waveforms and resulting
RF current and virtual voltage � .

work, and LNA. Our receiver implements these three compo-
nents at the baseband, and translates their effects to the antenna
using the transparency property of passive mixers [18]–[20].

Here we present an expanded description and characteriza-
tion of the architecture presented in [16], with minor revisions
to the implementation to enhance performance (particularly
noise). We also confirm some of the theoretical findings in [21]
regarding impedance matching and noise performance. Specif-
ically, we confirm in measurement the benefits of 8-phase
mixing when implemented in a passive mixer-first receiver
architecture. These include a higher impedance matching
range, lower noise figure (NF), and rejection of blockers at the
harmonics of the LO.

We will show that our passive mixer-first receiver can achieve
1) competitive with highly resonant matching networks
while tracking the LO frequency, 2) front-end filtering which
results in out-of-band linearity competitive with implementa-
tions using off-chip high- filters, and 3) noise performance
close to traditional receiver architectures. Additionally, we will
show that we can tune 1) and 2) across a wide range of LO,
IF and RF frequencies with digitally programmed baseband
circuits.

II. BASEBAND-CONTROLLED IMPEDANCE MATCHING

A. Analyis of Passive Mixer

In order to analyze the passive mixer, we begin with the model
in Fig. 1(a). A quadrature passive mixer is connected directly to
an antenna carrying input voltage waveform and with an-
tenna impedance . Here we model the transistors of the mixer
as ideal switches with small series resistance . Each switch
is loaded with a capacitor, , and a resistive load . The
switches are driven with four 25% duty cycle non-overlapping
LO pulses [2], [16], [20], [22]–[24]. The non-overlapping na-
ture of the pulses means that the antenna port will see only one
path at a time, so we can treat the four parallel switch resis-
tances as one, as seen in Fig. 1(b) and [25]. As each switch is
closed, the signal during that LO pulse is sampled onto the

corresponding . The resulting four steady-state voltage levels
correspond to differential and down converted baseband sig-
nals. The charge on each capacitor slowly leaks through the load

to ground. However, as long as is chosen such that
its resulting time constant is much larger than a period of the
LO, the change in voltage due to this dissipation of charge over
a single LO cycle will be small relative to the baseband signals

and .
Because passive mixers are bidirectional, the baseband sig-

nals present on the capacitors will also be back up-converted
during each LO cycle. As a result, we may define a waveform
at the virtual node marked on Fig. 1(b), representing the up-con-
verted and superposed baseband voltages. Furthermore, using
this , we can define a current representing the net cur-
rent coming from the antenna port. Specifically, we expect that

will be proportional to both the current discharged through
the baseband resistors and the current coming from the antenna.
In fact, we can surmise that the effective impedance seen by
the antenna will be a series combination of and a scaled
version of . The scaling factor for can by calculated by
balancing the charge delivered by the input signal to the load

[20], [21], [26]:

(1)

This implies that if we design the mixer switches to have a small
resistance, the impedance presented to the antenna will largely
be a function of . We can therefore tune the impedance match
with .

B. Effect of Harmonic Conversion

Looking at the waveform in Fig. 1(b), we see that its spec-
trum must contain the original input signal, . However, the
square shape of indicates that it contains signal power at all
of the odd harmonics of the LO in addition to the fundamental.
The fact that the mixer samples with quadrature LO signals re-
sults in image rejection, and so reduces this content by elimi-
nating one image for each harmonic, as seen in Fig. 2 and [27].
The remaining odd harmonics on the antenna port will reradiate,
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Fig. 2. Spectrum of the reradiation at the antenna interface due to � .

Fig. 3. LTI model for 4-phase passive mixer.

Fig. 4. LO waveforms for an 8-phase passive mixer, approximation of wave-
form � for 8-phase mixer, and resulting reradiation spectrum.

and so dissipate power at these frequencies. Because these har-
monics depend on the incoming signal, they represent an addi-
tional loss mechanism other than and . Since each har-
monic is proportional to, and generated by the received signal
on the baseband, this dissipation will reduce the power of the
wanted signal. We model this loss as a frequency dependent con-
ductance at each odd harmonic, shunting the mixer output.

(2)

We calculate the total loss due to harmonic reradiation by sum-
ming the effect of each conductance. We model this overall loss
as an impedance in shunt with the mixer output, , defined as
[21]

(3)

For a system with an antenna impedance which is constant
across all frequencies, we can perform the sum in (3) and find
a value for as a function of the RF port impedance and
switch resistance :

(4)

In a typical system, where and , this
translates to .

With all the losses now taken into account, we can construct
a linear time-invariant (LTI) model for the passive mixer. We
have already combined the four switch resistances into one,
since only one switch is on at a time. Now we can also do the
same for the baseband load , noting that we must multiply
it by the scaling factor from (1). We must also add the virtual
impedance in shunt with . The resulting model is shown
in Fig. 3. This is similar to that presented in [25] but with the in-
clusion of . From this model we can write a simple equation
for the input impedance of the mixer:

(5)

Note that this analysis applies to receive signals with a non-zero
IF when from (5) is changed to to account for
reactive components in the baseband (such as ) [21].

C. Benefits of 8-Phase Mixing

The expression for from (5) has two components which
are a function of the duty cycle of the sampling waveform:
and . We can see that will always limit the influence
of on the impedance match. From Section II-B we see that

represents shunting due to power near the harmonics of the
LO. In order to reduce harmonic reradiation, we introduce an
8-phase mixer, which contains eight switches instead of four
and is driven with eight 12.5% duty cycle LO pulses as seen
in Fig. 4 [16], [28]–[30]. The resulting waveform contains
power at half as many harmonics as in the 4-phase mixer case
(see Fig. 4). Specifically, the 8-phase passive mixer eliminates
content at the 3rd, 5th, 11th, 13th harmonics and so on. As a
result, , and the range of , increase dramatically. Addi-
tionally, the 8-phase mixer yields a new value for the scaling
term:

(6)

For the case of a constant antenna impedance, this implies

(7)

In a typical system, where and , this
translates to , which is about five times larger
than in the 4-phase case.

III. IMPLEMENTATION

Following the analysis in Section II, we have designed a
passive mixer-first receiver with tunable baseband impedance
matching and the option of using either 4- or 8-phase mixers.
Fig. 5 shows the implemented single-chip receiver architecture,
including a programmable 4- or 8-phase frequency divider,
quadrature passive mixers, baseband LNAs, and harmonic
recombination amplifiers.

The receiver was fabricated in 65 nm 1P9M CMOS. The
photograph of the chip can be seen in Fig. 6. The total area
is 2.5 mm , with an active area of 0.75 mm . The chip was
packaged in a PQFP package and mounted onto a PCB for all
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Fig. 5. Block diagram of receiver including frequency dividers, passive mixers, baseband LNAs, and recombination buffers.

Fig. 6. Picture of receiver implemented in 65 nm CMOS showing functional
blocks.

measurements. The circuits operate off dual voltage supplies,
with the LO buffer, frequency dividers, and mixers using 1.2 V
and the baseband circuitry using 2.5 V. When all the strips are
turned on, the 1.2 V supply consumes between 6 and 33 mA, de-
pending on the LO frequency, and the 2.5 V supply consumes
12 mA. This translates to a power consumption of between 37
and 70 mW.

A. Passive Mixer

The passive mixer was implemented with triple-well 1.2 V
nMOS transistors with m, nm. The bulk of
the mixer devices (and all 1.2 V devices) is tied to the middle of
the 2.5 V rail. This allows both the inputs and the outputs of the
mixer to sit at levels which bias the baseband amplifiers.

When operating in the 4-phase LO case, there is a maximum
of eight of these transistors driven by each LO pulse (eight
switches in parallel), which reduces the overall switch resis-
tance. In 8-phase operation, a maximum of four unit switches
are driven by each individual pulse. As a result, the effective

for 8-phase operation is twice that of the 4-phase case. The
receiver offers the option of turning off redundant switches, LO

generation circuitry, and baseband circuitry in order to operate
in a lower power state with as little as only one transistor for
each LO pulse.

B. Frequency Dividers

In order to generate 25% duty cycle quadrature LO pulses, we
employed a frequency divide-by-two, composed of two differ-
ential latches clocked by opposite phases of the input LO. The
standard architecture then combines the outputs of the divider
in AND gates to generate quadrature LO pulses [20]. In simula-
tion we found that this approach tended to degrade noise figure,
due to flicker noise in the dividers. This effect can be explained
by coupling of LO onto the RF port, which is then down con-
verted to baseband. Ideally, a 4-phase mixer will only reradiate
at multiples of the 4th harmonic of the effective LO. However,
jitter of individual pulse edges results in reradiation at the re-
ceive frequency as well. These deviations are especially hard
to suppress through device sizing, as the transistors in the di-
viders must drive significant internal loads at high speed as part
of multi-transistor stacks.

Instead, we implemented pulse generation as shown in Fig. 7,
by ANDing the divider outputs with the input LO to produce
non-overlapping LO phases which are independent of timing
variation in the counter itself [31]. This approach was expanded
to the 8-phase case by building a four stage differential Johnson
counter followed by AND gates to generate eight pulses, split
by 45 , but 25% duty-cycle. These pulses were then ANDed
with the original LO to generate 12.5% pulses whose edges are
insensitive to deviations in the counter.

C. Baseband Feedback Amplifiers

A transistor level schematic of the baseband amplifiers is
shown in Fig. 8. The amplifier consists of a fully differential
pMOS pair with nMOS loads and digitally controlled common
mode feedback resistors which provide three gain settings
(between 25 and 35 dB). We chose pMOS transistors for the
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Fig. 7. Schematic and timing diagram of 4-phase frequency divider.

Fig. 8. Transistor-level schematic of baseband LNA.

input pair and designed all amplifier transistors with long chan-
nels to reduce the corner to below 200 kHz. We imple-
mented the matching resistor from Fig. 1 by wrapping feed-
back loops around both paths. The feedback consists of a 5-bit
tunable resistor connected to the input gates, in series with
a source follower to buffer the output.

D. Harmonic Recombination Amplifiers

The receiver has a second stage of amplification (see right of
Fig. 5) in which the eight signals are recombined into simple
differential and . These consist of tunable- differential
pairs which share a common PFET load with common mode
feedback and four gain settings (from 16–34 dB in 6 dB steps).
When operating in 4-phase mode, the separate but equal and

channels (0 and 90 ) are simply added together. In 8-phase
operation, the 0 phase channel is added with full weight to ,
and the 90 phase with full weight to . The additional 45 and
135 channels are weighted by and added to both and ,
with different polarities. This weighting acts to cancel signals
present at half the harmonics of the signal (i.e., the 3rd, 5th,
11th, 13th, etc.) [28]–[30]. The degree of harmonic suppression
achievable in these amplifiers is limited by the precision of the

weight (here it was designed to be 11/16) and mismatch
in the recombination stage.

In total, the LNAs and the recombination amplifiers provide
more than 70 dB of gain with a maximum BW of 20 MHz,
limited by the parasitic capacitance of the amplifiers and some

Fig. 9. Comparison of direct measurement of input impedance at
� � ��� MHz with prediction from LTI model for both 4- and 8-phase
mixers.

fixed capacitance local to the mixer outputs to shunt switching
transients.

IV. IMPEDANCE MATCHING: MEASUREMENTS

To provide a reference for the impedance matching mea-
surements in this section and the following ones, we begin
by defining an expected effective impedance, presented to
the mixer by the baseband, which incorporates the gain of
the feedback amplifier , the feedback resistor and the
scaling factor :

(8)

In order to confirm the analysis in Section II, we have mea-
sured the input impedance of the receiver directly for

MHz, MHz. The resulting curves (shown in
Fig. 9) show the effect of sweeping the real feedback resistor

(scaled to for both 4-phase and 8-phase operation).
We have also included the curves which result from applying
(5) for simulated (30 dB) and independently measured
and (4-phase: , ; 8-phase:

, ). As predicted, the effective is
about doubled for the 8-phase case. Note also that is lower
than predicted earlier for the 8-phase case. This is because the
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Fig. 10. Measurement of reradiation out of the RF port at 2.999 GHz for an RF
signal injected at 1.001 GHz.

Fig. 11. Comparison of simulation and measurement of � at � � � GHz
vs effective � for both 4- and 8-phase mixers.

RF port impedance is frequency dependent. Since higher har-
monics account for more of the value of for the 8-phase
case, if the impedance is lower at those higher frequencies, the
constant model will start to fail.

We also measured the harmonic reradiation out of the RF port
predicted in Section II, and the difference in reradiation as a re-
sult of 8-phase mixing from Fig. 4. In particular, we looked at
reradiation of injected RF signal up converted to a higher har-
monic (as distinct from simple reradiation of LO signals cou-
pling onto the RF port through mixer switch parasitics). Recall
that this harmonic reradiation is the underlying mechanism be-
hind the virtual lossy element in the LTI mixer model in
Fig. 3. Fig. 10 shows the measurement for an RF signal in-
jected at 1.001 GHz with a 1 GHz effective LO, which gen-
erates a signal at 2.999 GHz, 1 MHz below the 3rd harmonic
of the LO. This harmonic reradiation is indeed proportional to
the input RF signal strength, and is reduced by about 18 dB
with 8-phase mixing. We also measured direct LO reradiation
at 1 GHz to be about 65 dBm. Beyond simply measuring the
input impedance, we have also characterized the ability of the
receiver to improve an impedance match by tuning . Fig. 11
shows a measurement of at GHz and

GHz as the feedback resistors are swept for both a 4-phase and
8-phase mixer and driven by a 50 source. These curves show
that tuning the resistor does in fact allow for a minimum .

Fig. 12. Measurement of � around LO frequency stepped by 100 MHz,
without any retuning of impedance match.

We have also overlayed simulation results for the same sweeps.
In simulation, we modeled the packaging parasitics with a 2 nH
series inductance and 300 fF shunt capacitance. These parasitics
create a complex antenna impedance which is frequency depen-
dent, and affects . The minimum is for a different effective

in the different mixing cases, because of their different
and values. However, the match also changes for dif-

ferent IF frequencies, and is assymetric due to the complex an-
tenna impedance (as will be discussed in Section VI-A). The ef-
fects of complex antenna impedance on matching are explored
further in [21]. Fig. 12 shows that our impedance match is not
dependent on the LO frequency to first order but only on the
IF (as explained in Section VI-A). Here we tuned the feedback
resistor to provide a good match for an LO of 800 MHz. We
then moved the LO in 100 MHz steps both upwards and down-
wards and measured the for 100 MHz around the LO using
a network analyzer (without retuning baseband components).
The impedance match begins to break down at higher frequen-
cies because the package parasitics begin to dramatically impact

at these frequencies.

V. NOISE PERFORMANCE

A. Analysis

In order to evaluate the noise performance of the receiver,
we first need to look at the various sources of noise in the cir-
cuit shown in Fig. 1(b). There are three fundamental sources of
noise: the baseband resistance , the switch resistance ,
and the thermal noise from the antenna itself, . Recent work
has shown that flicker noise from the switches in passive mixers
is negligible [20]. Evaluating the noise figure (inside the base-
band bandwidth) from this circuit yields a result which is domi-
nated by , and will always be greater than 3 dB. However, our
receiver implements as a feedback resistor wrapped around
the baseband low noise amplifier (see Fig. 13). This technique
suppresses the noise from by a factor proportional to the
gain of the amplifier.

There is an additional source of noise in the circuit: the noise
which is down-converted by the mixer at odd harmonics of
the LO. We can represent this as a noise current which passes
through the RF port at each of the harmonics with

(9)
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Fig. 13. Schematic displaying noise sources in equivalent receiver model.

However, we note that the sum of the RF port noise currents
at the harmonics of the LO is exactly the noise that would be
generated by if it was a real resistor defined by (4). We can
therefore use the model in Fig. 13 to find the noise factor of our
receiver:

(10)

The second term represents the noise contributed by . The
third term represents the noise contributed by the virtual shunt
resistor . The fourth term represents the noise contributed by
the feedback resistor . The fifth term represents the noise
contributed by the amplifier. Note that (10) applies to both 4-
and 8-phase mixing, with the parameters , , and in our
implementation, changing. In the ideal case where is
constant across frequency, the 8-phase mixer will have a signif-
icantly lower NF than the 4-phase mixer. The analysis leading
up to (10) is provided in greater detail in [21].

B. Measurements

Fig. 14 shows the measured DSB NF for the receiver across
the frequency range of operation, with an IF at 1 MHz in each
case. The frequency range in the 8-phase mode is lower because
it divides the input LO by four instead of two as in the 4-phase
case. As predicted, the NF for 8-phase operation is lower than
for 4-phase operation. NF degradation at higher frequencies is
likely due to shunting by package and device parasitics. Such
parasitics will also have more effect at higher harmonics, and so
will decrease , degrading NF. In addition, at higher frequen-
cies, the LO pulses driving the mixers are likely to become less
ideal, potentially increasing the effective and decreasing

.
Following the analytical result in the previous section, we

have also measured the noise figure of the 8-phase receiver for
a range of values of (shown in Fig. 15). As predicted from
(10), as long as the ratio of to and the ratio of to

are large, the noise figure will be fairly constant, low, and
dominated by the baseband amplifier noise. As decreases,
these ratios increase and the 3rd and 4th terms in (10) eventually
blow up, increasing the noise figure. Fig. 15 also shows the gain
of the receiver for the same values of , where gain decreases
as (and so ) decreases. Note that while this NF result

Fig. 14. Measurement of NF vs RF frequency for both 4-phase and 8-phase
operation.

Fig. 15. Measurement of NF and voltage gain vs� as� is swept for the
8-phase receiver at � � ���MHz, with analytical NF result for comparison.

reaches levels as low as 3 dB, this is still 1–2 dB higher than
that predicted in simulations in [21], and by (10), whose result is
overlayed with the measurement above. The flicker noise corner
of the receiver was also measured and found to be less than
200 kHz under minimum NF conditions.

VI. BLOCKER FILTERING AND LINEARITY

A. Effect of Sampling Capacitor

The presence of the baseband capacitor has several no-
table effects on the tunable impedance presented to the RF port.
As passes the RC bandwidth of the baseband, becomes
dominated by , and ultimately approaches . By making
this capacitor tunable (as shown in Fig. 5), we create a tunable-
BPF. This transfer of filtering through a switching mixer was
first introduced as N-path filtering many years ago [32], and has
been used recently in literature to provide filtering for systems
which place an LNA at the RF-front-end [18], [26], [33], [34].

In our implemented receiver, we have made digitally con-
trollable with 6 bits of resolution (from 5 pF to 120 pF). Fig. 16
shows measurements of the magnitude of the impedance pre-
sented by the receiver for three different values of as RF
frequency is swept around a 100 MHz LO. For frequencies very
near the LO, the receiver presents the impedance we expect
based on the chosen feedback resistance, and as the RF moves
away, this impedance is controlled by the capacitor and reduces
as increases (or as increases). Note also that
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Fig. 16. Direct measurement of tunable bandpass filter created by � .

Fig. 17. Measurement of effect on � curve of tunable bandpass filter created
by � .

this impedance reaches a lower limit set by the on resistance of
the mixer switches (about 20 ).

Furthermore, in Fig. 17, we have confirmed this effect at
higher frequency with a measurement of for an value
tuned to a good match. As we increase the capacitor value, the
curve becomes much narrower and the deepest notch is
closer to the LO.

Finally, we also took direct measurement of both the
real and complex components of the input impedance for

MHz and pF using a network analyzer
(see Fig. 18). The range of a good impedance match here
is quite small, as the capacitor dominates the impedance for
larger offset frequencies. Additionally, the imaginary compo-
nent of the impedance demonstrates the interesting property of
switching polarities for negative offset frequencies, as predicted
theoretically in [21] and [25], and discussed in greater detail in
Section IV.

B. IIP2, IIP3, and Out-of-Band Compression Measurements

One implication of having this tunable BPF on the RF port
is that it will have a large influence on the out-of-band linearity
performance of the receiver [23], [25], [35]. We have character-
ized the linearity of the receiver for various offset frequencies
and capacitor settings. Fig. 19(a) shows out-of-band compres-
sion due to a blocker at 1.16 GHz for a 1.2006 GHz RF, for
three different values. We define the out-of-band compres-
sion level as the power of the blocker which makes the wanted

Fig. 18. Measurement of real and imaginary components of impedance pre-
sented to the RF port by the receiver.

signal diminish by 3 dB. In Fig. 19(b) we have also performed
sweeps of the blocker frequency around the 1.2 GHz RF for the
three capacitor settings and measured out-of-band compression
for each of them. We find that the measured compression levels
are well fit by a simple equation [solid lines in Fig. 19(b)]:

(11)

where and are fitting parameters and the form of the equa-
tion is consistent with a combination of two mechanisms: 1) a
constant outband compression point of 10 dBm for far out-of-
band blockers which probably reflects compression in the mixer
itself, and 2) a frequency dependent term that dominates at lower
interferer IF frequencies and follows a dependency.
This second component becomes weaker with larger capacitor
values, and is consistent with a compressive third-order nonlin-
earity that acts after one pole of blocker filtering, and reflects
nonlinearity in the baseband LNAs.

Fig. 19(c) shows the IIP3 measured using two tones (one at
1.22 GHz and the other at 1.2406 GHz), with a 1.2 GHz LO
(generating an IM3 product at 1.1994 GHz, which was down-
converted to a 600 kHz IF), for two different settings of . We
achieve an IIP3 of 27 dBm when a large is chosen, and much
worse IIP3 of 8 dBm for the lower . Fig. 19(d) shows the
measured IIP3 for various offset frequencies (where the x axis
represents the frequency of the tone which is closer to the RF)
for both pF and pF. This also shows that with
a higher engaged, the receiver maintains good linearity for
much closer interferers. As before, this result is well fit by equa-
tions of a form similar to (11) which incorporate a combination
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Fig. 19. Measurements of outband compression, IIP3 and IIP2 around � � ��� GHz.

of two mechanisms: a constant, very high IIP3 mechanism (pre-
sumably from the mixer), and a frequency dependent compo-
nent that goes as and reflects a third-order nonlinearity
in the baseband. These results are consistent with simulations of
the baseband amplifiers alone, with the attenuation of the pas-
sive mixers and the pole accounted for. The out-of-band
results are more difficult to replicate in simulation, as discussed
in [25]. However, by applying a square-law model to the mixer
switches, we computed an out-of-band IIP3 of 24 dBm, which
is close to our measurement.

Fig. 19(e) shows the IIP2 for a 2nd order inter-modulation
product for two tones (one at 1.22 GHz and one at 1.2206 GHz),
for a 1.2 GHz LO, generating an IM2 at 1.2006 GHz. We achieve
an IIP2 of 58 dBm when a large is chosen, and much worse
IIP2 of 1 dBm for minimum capacitor settings, as 20 MHz is
close to being within the bandwidth of the receiver. Fig. 19(f)
shows the measured IIP2 for various offset frequencies for both

pF and pF. As with other nonlinear ef-
fects, as interferers move in-band, they generate larger distor-
tion products. Engaging a larger decreases bandwidth, im-
proving robustness to interferers much closer in frequency. Un-
like the third-order nonlinearity described above, IIP2 does not
follow a simple-to-fit rule, indicating that the mechanisms gen-
erating IIP2 are likely to be more complex than those generating
IIP3.

Because the front-end bandwidth of this receiver is pro-
grammable, it is possible to trade off bandwidth for interference
tolerance. Thus, the receiver can be programmed to receive
signals with bandwidths 10 MHz, but can also be repro-
grammed to receive narrower bandwidth signals in the presence

of blockers that would badly degrade the system if it were set
to its original bandwidth.

Because this work focused on demonstrating low noise,
impedance tunability and out-of-band linearity performance,
little effort was made to linearize the baseband LNAs and
recombination amplifiers for in-band linearity. We nonetheless
have measured the in-band linearity of the receiver. For a 1 GHz
LO, we injected signals at 1.0012 GHz and 1.0016 GHz. These
produced an IM2 product at 1.0004 GHz and an IM3 product
at 1.0008 GHz. This resulted in an in-band IIP2 of 45 dBm
and an in-band IIP3 of 67 dBm. In future designs, in-band
linearity can easily be improved by designing higher linearity
baseband circuits such as those used in [29]. Indeed, a sensible
SDR-style approach would be to make linearity (traded off
against power consumption) a programmable feature of the
baseband.

C. Harmonic Suppression

In addition to characterizing the susceptibility of the receiver
to general wideband interferers, we also measured the ability of
the 8-phase mixer and recombination amplifiers to reduce the ef-
fect of blockers at the harmonics of the LO frequency. Because
we have no RF front-end filter, the mixer will downconvert sig-
nals present at those harmonics.

We set up the receiver with an input LO of 2 GHz, for an
effective LO of 500 MHz. In order to directly compare the
4-phase case with the 8-phase case, an additional divide-by-two
is engaged for the 4-phase case such that both will receive
signals around 500 MHz. We then measured the difference in
gain between signals injected at the fundamental (499 MHz)
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and those injected at the 3rd and 5th harmonics (1.499 GHz and
2.499 GHz, respectively). In the 4-phase case, the output power
for the 3rd harmonic was 11 dB less than the fundamental,
and the 5th harmonic output was 19.9 dB less. This is fairly
consistent with the 1/3 and 1/5 weights which accompany these
harmonics in the Fourier series of the square wave sampling
signals. For the 8-phase case, which actively rejects these
harmonics, the output due to the 3rd harmonic was 35.4 dB
less than the fundamental and that due to the 5th harmonic was
42.6 dB less.

The harmonic rejection ratio achieved here is not sufficient
to eliminate the influence of large blockers at the harmonics
of the LO, limiting its applicability to some wireless standards.
The limitations of our implementation come from the late har-
monic recombination, coming after a first stage with 30 dB of
gain. However, recent works have presented harmonic rejection
schemes which provide 60–80 dB of rejection (depending on
implementation) [29], [36]. These techniques could easily be
applied to our design as well, providing a similar degree of re-
jection.

VII. COMPLEX FEEDBACK

A. Motivation

While radios are most often designed to match a constant,
purely real antenna impedance of 50 , in reality, the actual
impedance of an antenna can vary widely at different operating
frequencies and in different environments. Additionally, the
mere presence of parasitics on the PCB, package, bond wires
and pads inherently make the effective antenna impedance
complex. As seen in Fig. 11, the center of the notch for our
passive mixer-first receiver is not directly centered around the
LO but offset by several megahertz. This is due to the baseband
complex impedance presented by the capacitor interacting
with the parasitic complex components of the antenna port.

Fig. 18, which shows the impedance presented by the receiver
as a function of IF frequency, shows that the imaginary compo-
nent of looks negative for positive IF and positive for nega-
tive IF. On the upper sideband of the LO, the antenna port sees
the impedance presented by the baseband port as a function of
the IF, but the lower sideband sees the complex conjugate of
this impedance [21], [25]. This implies that the required com-
plex conjugate match for a complex antenna impedance can only
exist at a single IF frequency.

In principle, the imaginary component of this match is tunable
since we have control over the value of the capacitor. However,
using the sampling capacitor to provide a complex impedance
match has the disadvantage that it will limit the bandwidth of a
good match. Worse, it can only be used to match one polarity
of imaginary antenna impedance, or in other words it can only
match that impedance on one of the side bands of the LO.

B. Implementation

In order to solve the problem of matching to complex antenna
impedances, we have implemented the circuit in Fig. 20, which
modifies our original feedback amplifiers to provide “complex
feedback”. Here we connect feedback resistors from the output
of the I-channel of the amplifier to the input of the -channel,

Fig. 20. Receiver schematic with complex feedback.

and vice versa. These additional feedback paths present a 90
phase shifted (and scaled by ) version of the original signals
back to the amplifier inputs. This phase translates to a complex
impedance presented to the antenna port through the passive
mixer. A similar feedback technique is utilized in [37] and [38]
but was used to modify the phase of a filter rather than to present
a complex impedance to the input. Implementing in the
same way as , and allowing for its polarity to be switched
(as in Fig. 20) provides a programmable complex impedance
match.

Analysis of the circuit in Fig. 20 yields an expression for the
new baseband impedance where the real part is still mostly
a function of the real feedback resistor , and the imaginary
component depends on the value of the resistor . Note that

from (8) will change with the new from (12) to become
.

(12)

One additional note is that because of the relative phases of sine
and cosine, we actually need to flip the polarity of the feedback
resistors from the channel to the channel, in order to get the
same equivalent phase shift. Of course this effect only operates
within the bandwidth set by the baseband capacitors.

C. Measurements

In order to measure the effects of complex feedback, we set
up the receiver to receive an RF frequency around 500 MHz
and swept the RF frequency using a network analyzer (see 27
curve in Fig. 21). We tuned the impedance match with the real
feedback resistor to provide a deep notch, without yet en-
gaging the complex feedback (see 36 curve). We then turned
on the complex feedback path with a positive value and
swept the RF frequency again, as expected this shifted the IF
frequency of the optimum (see 36||+j72 curve). We re-
peated this measurement with the opposite polarity of complex
feedback, which results in a notch on the opposite side of the
LO frequency.

To show that complex feedback can be used to provide
matching on both sidebands in the face of significant impedance
mismatch on the RF port, we moved the effective LO frequency



2706 IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 45, NO. 12, DECEMBER 2010

Fig. 21. Measurement of moving� curve for both polarities of complex feed-
back, compared to curves without any complex feedback, with both tuned and
untuned � .

Fig. 22. Measurement showing complex feedback pushing notch of � curve
to the other sideband of the LO.

to 1 GHz, where capacitive parasitics were much more dom-
inant. Fig. 22 shows that without complex feedback, is
minimum at a significant IF offset from the LO. Engaging
complex feedback shifts this optimum to very close to the
LO frequency, and by further decreasing (effectively
increasing the influence of complex feedback), we can move
the notch to the other sideband of the LO, dramatically
improving for that sideband.

The potential for instability is a limitation of complex feed-
back. As the magnitude of the cross-channel conductance is in-
creased ( is decreased), the inputs of the amplifier can see
enough phase rotation to elicit oscillation in the baseband ampli-
fiers (the baseband essentially becomes a ring oscillator). This
can be an issue if the imaginary matching term is significantly
stronger than the real term, and represents a limit on the com-
plex antenna impedance that can be matched reliably.

Finally, we measured the effect of complex feedback on the
NF of the receiver. Fig. 23 shows the DSB NF of the 8-phase
mode receiver for swept of both polarities for an LO at
900 MHz and a 1 MHz IF. Not surprisingly, one polarity pro-
vides a better NF than the other because it provides an improved
complex conjugate impedance match to the RF port.

Fig. 23. Measurement of NF of receiver vs imaginary component of � for
swept complex feedback resistor � , in both polarities of complex feedback.

TABLE I
SUMMARY OF PERFORMANCE

VIII. CONCLUSION

We have presented a software-defined radio receiver capable
of NF close to 3 dB, out of band IIP3 up to 27 dBm and
0.1–2.4 GHz frequency tuning range, as summarized in Table I.
The architecture uses a passive mixer-first, LNA-less approach
in order provide digital control of parameters in the entire
antenna interface. The transparency of passive mixers translates
the impedance on one side of them to the other. We used this
effect to translate a LPF on the baseband to a BPF on the
RF port, allowing for the rejection of out-of-band interferers.
Feedback resistors on baseband differential LNAs allow for
a tunable real impedance match within the bandwidth of the
BPF. Additionally, we demonstrate “complex feedback”, which
creates an effective complex impedance on the RF port by using
feedback between the in-phase and quadrature paths of the
baseband. We use this complex impedance to match complex
RF port impedances. We show that the notch tracks the LO
frequency of the receiver, and is to first order only a function
of the circuits present on the baseband. Finally, the receiver
achieves competitive noise performance with state of the art re-
ceivers. This work demonstrates a receiver architecture that for
the first time provides programmable RF impedance matching
and filtering without sacrificing performance.
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